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Abstract— We propose a 28.5-GHz channel sounder that
switches through all antennas of multiple dual-polarized
8 × 8 phased arrays at the transmitter and receiver and per-
forms beamforming in postprocessing through digital weights to
synthesize a sweepable beam. To our knowledge, we are the first
to implement—what we refer to as—switched beamforming with
phased arrays for millimeter-wave channel sounding, realized
through highly stable Rubidium clocks and local oscillators cou-
pled with precision over-the-air calibration techniques developed
in house. By circumventing the time-consuming programming of
analog weights that is associated with analog beamforming—what
phased arrays are designed for—we can sweep a 3-D double-
omnidirectional dual-polarized channel in just 1.3 ms, for real-
time sounding. By in turn circumventing the coarse precision of
analog weights, we can synthesize ideal beam patterns thanks to
the effectively infinite precision of digital weights, enabling fine
weight calibration for the nonidealities of the system hardware
and fine weight tapering for sidelobe suppression. This translates
to average estimation errors of 0.47◦ in 3-D double-directional
angle, 0.48 dB in co-polarized path gain, and 0.18 ns in delay,
as substantiated by field measurements.

Index Terms— Calibration, channel sounder, 5G, millimeter
wave (mmWave), propagation, 285 GHz.

I. INTRODUCTION

THE wireless propagation channel can be modeled as a
discrete set of paths (also known as rays or multipath

components) representing plane waves1 propagating from the
transmitter (T) to the receiver (R) [1]. The ultimate objective in
channel sounding is to exhaustively characterize the properties
of each path n [2], namely its:

1) 3-D double-omnidirectional angle (θT
n , θR

n ), where θT
n =

(θT,A
n , θT,E

n ) is the angle of departure (AoD) from T in
azimuth (A) and elevation (E) and θR

n = (θR,A
n , θR,E

n ) is
the angle of arrival (AoA) to R, with omnidirectional
field of view (FoV) at both ends;
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1Under the far-field assumption, T and R are at least 10–20 wavelengths

apart from each other and from any ambient scatterers.

2) polarization-dependent path gain PGpq , where p and q
is either vertical (V) or horizontal (H) polarization at T
and R respectively;

3) delay τn.
Since the millimeter-wave (mmWave) channel suffers from

much greater path loss than its microwave counterpart, 5G sys-
tems will employ high gain—and by corollary narrowbeam—
antennas to compensate the link budget. The first mmWave
channel sounders employed horn antennas [3]–[10] that were
swept in azimuth and elevation through mechanical rotation
at both ends. To obtain polarization-dependent path gain,
either two (V and H) polarized horns were deployed at
each end [11] or a single horn was additionally rotated 90◦
in pitch [12]. An alternative implementation to mechanical
rotation is mechanical translation on a positioner [13] or
robotic arm [14] to form a virtual (or synthetic) phased-
array antenna whose beam is swept in postprocessing, i.e., by
applying digital complex weights to the antenna responses to
synthesize a virtual beam.

What constrains these systems is the slow mechanical
movement, necessitating minutes to hours to even days for
a single channel sweep, limiting measurement campaigns
typically to tens of acquisitions. A more pressing implication
of mechanical movement is that only static environments can
be sounded—precluding mobile and outdoor scenarios—since
the channel must be swept within the channel coherence time,
the time over which the channel is considered stationary.
mmWave communications systems are expected to operate at
channel bandwidths up to 2 GHz or even wider with channel
bonding [15]. The maximum coherence distance at 2 GHz is
7.5 cm [16], which at a nominal vehicular speed of 50 km/h
translates to a coherence time of 5 ms.

The emergence of mmWave phased-array antennas
[17]–[21] in recent years has prompted migration from horn
antennas for channel sounding. Phased arrays are designed for
analog beamforming (ABF), i.e., applying complex weights
to the array antennas by programming the amplifiers and
phased shifters on the printed circuit boards to synthesize
an electronic beam. Besides featuring high narrowbeam
gain, the beam can be swept electronically rather than
mechanically to enable much faster channel sweep durations.
An additional advantage is their flexibility in shaping the
beam pattern (beamwidth, sidelobe suppression through
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TABLE I

MMWAVE PHASED-ARRAY ANTENNA CHANNEL SOUNDERS TO DATE

tapering, placing nulls, and so on). Finally, their miniature
form factor permits both V- and H-polarized antennas on the
same board [22]–[24]. Table I lists the phased-array-based
mmWave channel sounders in the literature to date [24]–[35].
They exhibit a wide range of channel sweep duration, from
microseconds to minutes depending on the sweep type (2-D or
3-D and single or double directional), sweep angle, FoV, and
polarizations.

Yet, none of the systems can complete a 3-D double-
omnidirectional sweep within milliseconds, nor implement
dual polarization. This is due to ABF, which has two important
limitations:

1) ABF Channel Sweep Duration: Programming the com-
plex weights across all array antennas typically takes
at least 1 ms per beam but can take up to hundreds
of milliseconds. In turn, sweeping the beam in azimuth
and elevation across the FoV of each array per polar-
ization can easily multiply 1 ms to seconds or minutes,
depending on the channel sweep type and sweep angle,
as evidenced in Table I.

2) ABF Beam Quality: The gain and phase state of each
complex weight has coarse precision, usually between
4 and 8 bits, so the beam shape is limited by design
a priori and moreover in its ability to compensate
for hardware nonidealities through weight calibration,
lending to beams that are asymmetrical and have poor
sidelobe suppression, double lobes, and so on. This in
turn degrades the angle estimation of the paths.

In this article, we propose a 28.5-GHz channel sounder that,
instead of sweeping beams through ABF, switches through the
antennas of multiple dual-polarized 8 × 8 phased arrays at
the transmitter and receiver and performs—what we refer to
as—switched beamforming (SBF) in postprocessing. To our
knowledge, we are the first to implement SBF with phased
arrays, enabled through highly stable Rubidium clocks and
local oscillators (LOs) coupled with precision over-the-air
(OTA) calibration techniques developed in house. The two
main contributions of our work, each overcoming an ABF
limitation listed above, are given in the following:

1) SBF Channel Sweep Duration: By circumventing the
weight programming inherent to ABF, we can sweep
a 3-D double-omnidirectional dual-polarized channel in
just 1.3 ms, to realize mobile channel sounding.

2) SBF Beam Quality: Through the effectively infinite
precision of digital weights, we can obtain ideal beam
patterns through fine weight calibration for the nonide-
alities of the system hardware and through fine tapering
for sidelobe suppression, translating to an average angle
estimation error of 0.47◦, as substantiated by field mea-
surements.

The remainder of this article is developed as follows:
Section II describes the system architecture and Section III
describes the techniques developed to calibrate the system.
Section IV describes the algorithm we implement to extract
the channel paths and their properties from the measurements,
followed by illustrative results in Section V and conclusions
in Section VI.

II. SYSTEM ARCHITECTURE

The architecture of the channel sounder and its operation are
described in this section. First, we describe the phased-array
antennas, which form the heart of the system, followed by the
transmitter and receiver sections. Then, we describe how the
channel is swept, and finally, how the channel measurements
are collected autonomously by a mobile robot at the receiver.

A. Phased-Array Antennas

Fig. 1(a) shows the dual-polarized 8 × 8 phased-
array antenna boards integrated in our channel sounder.
Here, we just highlight their main characteristics, while
specific details can be found in [23], [24]. Each of the
64 elements features stacked V- and H-polarized microstrip
antennas (MSAs). The arrays have separate RF ports per
polarization, providing cross-polarization rejection of at least
35 dB. The null-to-null bandwidth is 4 GHz and is centered
at 28.5 GHz, corresponding to λ = 10.5 mm. The antennas
are spaced roughly at λ/2—5.1 mm in azimuth and 6.3 mm
in elevation—and the magnitude and phase of each of the
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Fig. 1. Photograph of channel sounder. (a) Dual-polarized 8 × 8 phased-array
antenna board. Each element has stacked V- and H-polarized MSAs. The two
polarizations have separate feeds. (b) Transmitter section. (c) Receiver section.
(d) Transmitter section mounted on tripod and receiver section mounted on a
mobile robot.

128 (64 × 2) antennas can be independently programmed
through a serial peripheral interface (SPI), with 8-bit magni-
tude precision and 6-bit phase precision. The SPI also features

a channel select register to toggle each antenna ON/OFF via
its DC amplifier, to allow for separate antenna calibration.
(The SPI port is on the back of the array.) The arrays can
sweep beams ±45◦ in azimuth and ±25◦ in elevation.

B. Transmitter (T) Section

Since each array can only sweep ±45◦ in azimuth, two
arrays were arranged at a right angle on the T section, as shown
in Fig. 1(b), to render a combined 180◦ azimuth FoV. During
field operation, the T section is mounted on a tripod with its
“blind side” oriented away from the R section, so the limited
azimuth FoV is acceptable. The central fan (black box) is
critical for heat dissipation. Absorber was attached to the metal
plates below the arrays to minimize reflection from the system
into the measured channel.

A block diagram of the T section is shown in Fig. 2(a). Each
of the two arrays is driven by separate arbitrary waveform gen-
erators (AWGs) that have two channels each to accommodate
both polarizations. The AWG generates a repeating BPSK-
modulated m-ary pseudorandom-noise (PN) code per channel,
with 0.5-ns chip length (2-GHz half-power bandwidth) and
2047 chips (33-dB processing gain). The code is synthesized
at an intermediate frequency (IF) of 4 GHz and mixed with
an LO digitally tuned to 12.25 GHz, followed by a frequency
doubler for upconversion to precisely 28.5 GHz. Finally,
the RF signal is fed via a power amplifier (PA) to an RF
port of an array at approximately 8.8-dBm transmit power.

C. Receiver (R) Section

In contrast to the fixed T section, omnidirectional azimuth
FoV is critical at R since it is mounted on a mobile robot
and so must be able to “see” from any robot heading when
in motion. To that end, four arrays were arranged at right
angles. Fig. 1(c) shows a photograph of the R section and
Fig. 2(b) shows its block diagram. For every code transmitted,
all four arrays receive on both polarizations simultaneously,
accommodated by an oscilloscope with eight channels. The
received RF signal per port is fed to a low noise amplifier
(LNA), downconverted back to IF via the LO, and sampled
directly at 16 GHz, as opposed to on-the-fly correlation
that some channel sounders implement [5]. The advantage
of the former is that correlation with the known PN code
is performed in postprocessing so that the channel can be
sampled quicker. The correlation yields the complex channel
impulse response (CIR) y(τ ). Three codes are averaged to
boost the processing gain from 33 to 37.8 dB. Rubidium clocks
at T and R were employed for synchronous transmission and
sampling between the two ends, and to discipline the LOs.

D. Channel Sweep

Phased-array antennas—including ours—are designed to
synthesize an electronic beam by coherently phasing the
antennas through ABF, by programming their analog weights
through the SPI controller. The beam is swept electronically
by programming the weights each time. The drawback of
beam sweeping is that programming is time-consuming; for
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Fig. 2. Block diagrams of (a) transmitter (T) section and (b) receiver (R) section.

our arrays, it takes 3.5 μs to program each antenna or,
equivalently, 3.5 μs × 64 = 224 μs to program a beam across
all 64 antennas per array per polarization. To obtain the best
angular estimation possible, it is desirable to sweep the beam
at the finest angle possible, which for our arrays is 1.8◦ in
azimuth and 1.4◦ in elevation given the 6-bit phase precision.
This translates to sweeping 50 × 36 = 1800 beams within the
±45◦ azimuth and ±25◦ elevation FoV, requiring 224 μs ×
1800 = 403.2 ms per array per polarization, already much
beyond the targeted maximum sweep duration of 5 ms.

The key realization of our contribution is that we can
implement antenna switching instead of beam sweeping,
by exploiting the channel select register to switch each antenna
ON one at a time, requiring 3.5 μs each. It then requires only
3.5 μs × 64 = 224 μs to sweep an array per polarization,
1800 times faster than beam sweeping. Once the antenna
responses are measured, switched beams can be synthesized
in postprocessing through SBF. Critically, the switched beams
can be swept at any angle without changing the channel sweep
duration. To expedite the channel sweep, it is broken down
into two sequential sweeps, denoted as the T sweep and the
R sweep, from which AoD and AoA of channel paths are
estimated, respectively.

1) T Sweep: The 64 antennas per T array are swept
sequentially, meaning that a single code is transmitted per
antenna through time multiplexing; the two polarizations per
array are swept sequentially in kind, as are the two arrays Ti ,
i = 1 and 2 themselves, requiring 3.5 μs × 64 × 2 ×
2 = 896 μs in total for the T sweep. Note that we are

interested not only in the co-polarized path gains (pq = VV
and pq = HH) but also in the cross-polarized path gains
(pq = VH and pq = HV). It is to discriminate them that
the two polarizations (p = V and then p = H) must be
transmitted in sequence. The two polarizations, however, can
be received in parallel: At R, electronic quasi-omnidirectional
(QO) beams in both polarizations are synthesized through
ABF across the four arrays simultaneously, exploiting all
eight channels: the four vertical channels are combined into
one channel (q = V) and the four horizontal channels are
combined into another (q = H). Crucially, the analog weights
to synthesize the QO beams are programmed only once, during
the calibration step in Section III-A, and never need to be
reprogrammed.

After sampling and correlation, the T sweep yields the
antenna response

yTi ,pq(τ ), i = 1 and 2 (1)

which is a row vector of 64 CIRs, one row per antenna. There
are eight vectors yTi ,pq(τ ) in total, two arrays indexed through
i times four polarization pairs indexed through pq.

2) R Sweep: The 64 antennas per receiver array R j ,
j = 1, 2, 3, and 4 are swept sequentially as in the T sweep;
however, in contrast to the T sweep, the two polarizations
and the four arrays are swept in parallel on the eight receiver
channels, requiring 3.5 μs × 64 = 224 μs. At T, QO beams
are transmitted in V and in H in sequence to capture both the
co- and cross-polarization properties, as explained early, so the
total R sweep requires 224 μs × 2 = 448 μs. After sampling
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and correlation, the R sweep yields the antenna response

yR j ,pq(τ ), j = 1, 2, 3, and 4. (2)

In summary, the channel sweep duration, the T sweep
plus the R sweep, requires 896 μs + 448 μs = 1.344 ms,
well within the targeted 5 ms. The antennas responses are
postprocessed through SBF to extract the channel paths and
their properties, as described in Section IV.

Note in passing that while the very recent work in [38]
implements antenna switching with actual 28-GHz switched
arrays, because all the T antennas and all the R antennas are
switched in tandem, the channel sweep duration is very long,
equivalent to 114.688 ms if implemented with our system
architecture. It is because ours are phased—not switched—
arrays that we can also implement ABF to synthesize QO
beams and break the total channel sweep down into separate T
and R antenna sweeps, reducing it to just 1.344 ms.

E. Mobile Robot and Positioning System

The T section was mounted on a tripod at 2.0 m and the
R section was mounted on a mobile robot at 1.6 m, as shown in
the hallway environment in Fig. 1(d). The autonomous robot,
described in detail in [36], supports rapid data acquisition
coupled with a navigational system—laser-guided indoors and
military-grade GPS outdoors—that reports its position with
centimeter accuracy, its velocity with 1-mm/s precision, and
its heading within 1◦ error. The robot also generates a 2-D
map of the environment, providing a global coordinate system
against which the AoD and AoA are referenced, to enable the
development of map-based channel models through raytracing-
assisted modeling [37].

III. SYSTEM CALIBRATION

In this section, we describe the precision calibration tech-
niques developed in house to enable the T and R sweeps,
namely, calibration of the analog weights to synthesize QO
beams, calibration of the CIR to extend the dynamic range
of the system, calibration of the digital weights to synthesize
sweepable beams through SBF, and verification that the phase
drift in untethetered mode is negligible, to enable SBF.

A. Analog Weights

As shown in Section II-A, the analog weight of an array
antenna is a complex amplitude defined by a magnitude state
(8-bit precision, 28 = 256 possible values) and a phase state
(6-bit precision, 26 = 64 possible values), which can be
programmed independently. Although each state has a nominal
value, the actual values may vary significantly between arrays
due to different electrical path lengths and other sources of
distortion [22]–[24]. This calls for precision characterization
of the state values per antenna per polarization for the two T
arrays and four R arrays to design QO beams at both ends.

To that end, a vector network analyzer (VNA) was utilized,
for which port 1 of the VNA was connected to a horn antenna
and port 2 was connected to the array under inspection. The
horn and the array were separated by 3 m—well in their far-
field—in an anechoic chamber. Fig. 3 shows a photograph of

Fig. 3. Calibration of the ABF weights in an anechoic chamber using a
VNA connected to a horn antenna on port 1 and the array under inspection
on port 2.

the setup. Each antenna was activated one-by-one through the
channel select register. The antenna’s magnitude state was set
to its maximum value because it was found easier to obtain
QO beams with equal magnitude, and naturally selecting the
maximum value enhanced the link budget. With the magnitude
value set, the 64 phase values were cycled through and the
corresponding complex weight was recorded as the VNA S21

parameter at 28.5 GHz.
With the analog weights characterized, a genetic algorithm

was run to design the QO beams, namely to select the optimal
set of analog weights per array per polarization—64 × 2 ×
2 = 256 at T and 64 × 4 × 2 = 512 at R—given the 64 possi-
ble weight values per antenna. A genetic algorithm was chosen
because it provides a good solution to the integer program
with reasonable computation time. The objective of the integer
program was to maximize the minimum beam gain over the
±45◦ azimuth and ±25◦ elevation FoV per array. The algo-
rithm inputted the nominal 3-D V and H patterns, G pq

MSA(θ),
for the individual MSAs with 1.2-dBi boresight gain, simu-
lated through HFSS [39] by the array designers [23], [24]
and shown in Fig. 4(a) and (b). Because of such low mutual
coupling between the polarizations (< −35 dB), the QO
beams were designed independently per polarization to reduce
computation time. Fig. 4(c) and (d) shows the result of the
design: the 3-D QO beam patterns for both polarizations at
R for the T sweep, GT,pq

QO (θR), measured in our anechoic
chamber with 1◦ sweep angle within R’s FoV. The 3-D QO
beam patterns at T for the R sweep (not shown), GR,pq

QO (θT),
are similar. All four QO beams have a boresight gain of
about 21 dBi.

B. Channel Impulse Response

As shown in Section II-C, the ideal CIR of the system is
the autocorrelation of the transmitted PN code. It corresponds
to the ideal pulse shown in Fig. 5, with 0.5 ns width (per
2-GHz half-power bandwidth) and 66-dB peak-to-sidelobe
ratio (power equivalent of the 33-dB processing gain). The
nonidealities of the T and R sections distort the ideal pulse,
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Fig. 4. Receiver antenna patterns in vertical and horizontal polarizations. (a) and (b) 3-D MSAs, simulated. (c) and (d) 3-D QO beams for the T sweep,
measured. (e) and (f) 2-D beams swept in azimuth at 10◦ through SBF for the R sweep, measured. (a), (c), and (e) V polarization. (b), (d), and (f) H
polarization.

introducing spurious pulses in the delay profile that, without
calibration, could be misclassified as reflections in the wireless
channel being sounded. The spurious pulses can be seen
as part of the uncalibrated pulse in Fig. 5, measured for
some illustrative T-R channel. In our work, calibration is
carried out by way of predistortion and postdistortion filtering.
Predistortion filtering is preferable because it can be applied
in high signal-to-noise conditions at T to avoid boosting the
noise level at R, but as we shall see, postdistortion filtering is
also required in our application.

Instead of the conventional back-to-back method [40], pre-
distortion filters were designed through an OTA method [30],
[41]. The methods are similar in that they both account for the
distortion caused by the T and R sections, but the OTA method
in addition accounts for the RF components in the SiGe chips
on the printed circuit boards, which also distort the CIR but
are not accessible through connectors, as required by the back-
to-back method. The OTA method mimicked operation in
the field, with the T section mounted on the tripod and the
R section mounted on the robot. The method exploited the
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Fig. 5. Calibration of the CIR. The nonidealities of the system hardware
distort the ideal pulse (red) into the uncalibrated pulse (green), measured for
some illustrative T-R channel. Calibration extended the peak-to-sidelobe ratio
from 18 to 55 dB.

line-of-sight (LoS) path between any pair of T and R arrays
under inspection. Specifically, the two arrays were pointed
toward each other with their normals aligned, again separated
3 m in the anechoic chamber. First, the ideal PN code was
transmitted on a T channel and the code distorted by the
system was received on an R channel. The received code was
then normalized: its correlation pulse was translated to 0-ns
delay and scaled to 0-dB path gain to remove the properties
of the LoS path. The normalized code was subsequently
deconvolved from the ideal code, yielding the predistorted
code. It follows that when transmitting the predistorted code
in place of the ideal code, the code that is received is ideal.
Fig. 5 shows the calibrated OTA pulse, ŷOTA(τ). Predistortion
filtering reduced the spurious pulses in the uncalibrated pulse
from −18 to −55 dB, extending the dynamic range by 27 dB.

As described in Section II-D, the code transmitted on a
T channel is received by all eight R channels since they are
sampled simultaneously. Accordingly, to design the predis-
torted codes, one of eight channels was chosen arbitrarily as
the reference R channel. However, the predistorted code then
only accounts for the nonidealities between the T channel and
the reference R channel and not for the residual nonideal-
ities between the reference R channel and the other seven
R channels. To bridge the gap, a unique postdistorted code was
designed for each of the other seven R channels. Specifically,
the same OTA setup for the predistortion design was used for
the postdistortion design, except that the reference R channel
was swapped round robin with the other seven R channels. The
predistorted code was transmitted and the code distorted by the
system was received on the other R channels. The received
code was then normalized, yielding the postdistorted code.
It follows that deconvolving the postdistorted code from the
predistorted code that is received yields the ideal code. Details
of the postdistortion design can be found in [42].

For the T sweep, a unique predistorted code was designed
between the T channel of each antenna per array per
polarization and the reference R channel, for a total of

64 × 2 × 2 = 256 predistorted codes. For each predistorted
code, seven postdistortion codes were designed, for a total
of 256 × 7 = 1792 postdistorted codes. Altogether, 256 +
1792 = 2048 codes were necessary to measure the calibrated
antenna responses ŷTi ,pq(τ ). Such a large number clearly
required fully automating processing aside from the mechani-
cal alignment of the arrays in using a 3-D rotator. Analogously,
for the R sweep, a unique predistorted code was designed
between the T channel of the QO beam synthesized across
both arrays per polarization and each array antenna of the
reference R channel, for a total of 2 × 64 = 128 predistorted
codes. For each predistorted code, seven postdistortion codes
were designed, for a total of 128 × 7 = 896 postdistorted
codes. Altogether, 128 + 896 = 1024 codes were necessary
to measure the calibrated antenna responses ŷR j ,pq(τ ).

C. Digital Weights

As in ABF, SBF is implemented by applying complex
weights to the array antennas—specifically to the antenna
responses—to synthesize beams in postprocessing. The ideal
digital weights for array Ti steered toward θT and array R j

steered toward θ R are [43]

sTi
(
θT) = e j 2μ

λ (cos θT,A ·cos θT,E, sin θT,A ·cos θT,E, sin θT,E)·XTi

sR j
(
θR) = e j 2μ

λ (cos θR,A·cos θR,E, sin θR,A·cos θR,E, sin θR,E)·XR j
. (3)

The weights are stored compactly as 64-length row vectors
(typically referred to as steering vectors), where XTi and
XR j are 3 × 64 matrices of the 3-D positions of the array
antennas as mounted on the tripod and on the robot, and
θT, θR, XTi , and XR j are referenced to the global coordinate
system of the environment mapped by the robot, as described
in Section II-E.

Recall from Section III-A that the antennas already have
fixed analog weights programmed to synthesize QO beams.
Therefore, the ideal digital weights cannot be directly applied.
Furthermore, the predistorted and postdistorted codes inherent
to the calibrated antenna responses must also be consid-
ered. To that end, the OTA method in Section III-B was
exploited to calibrate both factors out in a single step since
both factors were captured in the calibrated OTA responses
( ŷTi ,pq

OTA (τ), ŷ
R j ,pq
OTA (τ)). The total process is shown as a flow-

chart in Fig. 6. The additional benefit of the OTA method is
that the ideal digital weights (sTi (θT

LoS), sR j (θR
LoS)) were given

directly from the geometry of the setup through the ground-
truth angle of the LoS path θLoS = (θT

LoS, θ
R
LoS).

Accordingly, the calibrated digital weights follow as

ŝTi ,pq
(
θT) = w � sTi

(
θT) � sTi

(
θT

LoS

) � ŷTi ,pq
OTA (τ = 0)

ŝR j ,pq
(
θR) = w � sR j

(
θR) � sR j

(
θR

LoS

) � ŷ
R j ,pq
OTA (τ = 0) (4)

where � and � denote the Hadamard multiplication and
division operators, respectively. The ideal weights were cal-
ibrated through the difference (ratio) between the ideal
OTA weights and the calibrated OTA weights [the pulse
value at its peak, ŷOTA(τ = 0)], yielding the calibrated

Authorized licensed use limited to: Boulder Labs Library. Downloaded on September 03,2021 at 06:32:02 UTC from IEEE Xplore.  Restrictions apply. 



This article has been accepted for inclusion in a future issue of this journal. Content is final as presented, with the exception of pagination.

8 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES

Fig. 6. Calibration of the digital weights, displayed as a flowchart.

weights. It follows that when the calibrated antenna responses
( ŷTi ,pq(τ ), ŷR j ,pq(τ)) are beamformed through the calibrated
weights (ŝTi ,pq(θT), ŝR j ,pq(θR)), it is equivalent to beamform-
ing the ideal antenna responses through the ideal weights.
Note that because the calibrated responses are polarization
dependent, so too are the calibrated weights.

The Kaiser taper window w [44] was applied in (4) to
suppress the beam sidelobes at the expense of widening the
main lobe. The Kaiser window was chosen because it has
a tunable parameter β to balance the two factors. A value
of β = 2.12 was found empirically to achieve a favorable
balance, theoretically enhancing suppression of the first lobe
from 12.8 to 21.1 dB while widening the azimuth beamwidth
from 13.8◦ to 15.6◦, and the elevation beamwidth from 10.6◦
to 12.6◦. Fig. 4(e) and (f) shows the measured SBF beams for
both polarizations at R, steered in azimuth for a nominal eleva-
tion angle of 0◦. The beams were generated through the OTA
setup, however, by mechanically rotating the R array every 10◦
and electronically steering the beam back to alignment with
the LoS path from the T array through SBF.

While reducing the channel sweep duration by orders of
magnitude is a significant advantage of our SBF approach,
the other significant advantage is the accuracy that comes
from the effectively infinite precision of digital weights com-
pared to the 8-bit magnitude and 6-bit phase precision of
the analog weights. This is what enables beam sweeping at
any angle, pivotal to the successful implementation of super-
resolution algorithms such as CLEAN [10], [45], MUSIC [46],
ESPRIT [47], SAGE [48], [49], and RiMAX [50]. Yet, where
infinite precision matters most is in the fine calibration of
the digital weights coupled with fine window tapering for
sidelobe suppression, which together were able to synthesize
the ideal beams patterns shown in Fig. 4(e) and (f). All these
features are essential to realizing real-time channel sounding
with subdegree angle estimation, as we shall see later.

D. Phase Drift

A condition necessary to the operation of our system is
that the phase drift between the T and R LOs be negligible
during the sweep of the 64 antennas per array per polarization,
over which SBF takes place. As described in Section II-B,
the LOs rely on untethered Rubidium clocks at each end
for discipline. The time drift rate between the two clocks
is spec’d and was confirmed through our measurement as
2 ns/min at worst [30], [42], equivalent to 342◦/s in phase

Fig. 7. Comparison of the time drift between untethered mode (red) with
free-running LOs at T and R, and tethered mode (blue) with one local LO
distributed through an optical cable. (a) Large-scale drift over seven bursts
(A-G) of channel sweeps captured minutes apart was fit to 0.132 ns/min.
(b) Small-scale drift over each burst of 64 consecutive channel sweeps
(64 × 1.344 ms = 86.016 ms) was undetectable.

drift rate at 28.5 GHz. The sweep duration per array per
polarization is 224 μs per Section II-D, over which the spec’d
phase drift is 0.08◦ at worst. This is orders of magnitude
smaller than the standard deviation of the LO’s phase noise,
reported in [30] as 5.4◦. Fig. 7 compares the time drift
between (normal) untethered mode with free-running LOs
at T and R, and (controlled) tethered mode with one local
LO distributed through an optical cable. The large-scale time
drift over seven bursts (A-G) of channel sweeps captured
minutes apart was fit to 0.132 ns/min. Yet, the small-scale
time drift over each burst of 64 consecutive channel sweeps
(64 × 1.344 ms = 86.016 ms) was undetectable.

IV. CHANNEL PATH PROPERTIES

In this section, we describe how the measured antenna
responses are beamformed into power-angle delay profiles,
from which the channel paths and the properties of each path
are extracted.

A. Switched Beamforming

The first step in extracting the channel paths is to generate
power-angle delay profiles, whose peaks correspond to distinct
paths. The power-AoD delay profiles (PDDPs) pTi ,pq(θT, τ )
and power-AoA delay profiles (PADPs) pR j ,pq(θR, τ ) are
generated from the calibrated antenna responses ŷTi ,pq(τ ) and
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ŷR j ,pq(τ ), respectively. Specifically, the digital weights are
applied to the responses to synthesize beams that are swept in
θT and θ R as

pTi ,pq
(
θT, τ

) = ∣∣ŝTi ,pq
(
θT) · ŷTi ,pq(τ )†

∣∣2

pR j ,pq
(
θR, τ

) = ∣∣ŝR j ,pq
(
θR) · ŷR j ,pq(τ )†

∣∣2
(5)

where † denotes the Hermitian. Since our objective is to
obtain subdegree angle error, the beams are swept at 1◦, which
corresponds to the sampling interval of θT and θR. Since
each array only has ±45◦ azimuth FoV, pTi ,pq(θT, τ ), i =
1 and 2 are stitched together into a composite PDDP to extend
the AoD azimuth FoV to ±90◦; likewise, pR j ,pq(θR, τ ), j =
1, 2, 3, and 4 are stitched together into a composite PADP to
extend the AoA azimuth FoV to ±180◦. The sampling interval
of τ is 62.5 ps, which is the inverse of the 16-GHz sampling
rate.

Note that while the 10 · log10 64 = 18 dB coherence
gain from beam sweeping through ABF is initially lost by
antenna switching instead, the coherence gain is recovered
when synthesizing beams across the antennas through SBF;
this is true even if the antenna responses initially fall below
the noise floor.

The equations in (5) correspond to narrowband beamform-
ing, which as a rule of thumb can be applied when the
bandwidth is less than 10% of the center frequency, as in
our application. For applications in which the narrowband
assumption does not hold, wideband beamforming can be
applied instead, for example, by transmitting an orthogonal
frequency-division multiplexing (OFDM) waveform instead of
a PN code. The weights would then be frequency dependent.
For example, the maximum delay window of our PN code
(2047 chips × 0.5 ns/chip = 1023.5 ns) is equivalent to a
subcarrier spacing of 1/1023.5 ns = 977.2 MHz. In practice,
it is possible to obtain frequency-dependent weights with this
precision only through SBF.

B. Path Extraction

The conventional approach to extracting channel paths is
to search over the PDDPs/PADPs and identify peaks as dis-
tinct paths. Instead, we adopted the SAGE super-resolution
algorithm [49], which delivers angle and delay resolution
beyond that inherent to the respective beamwidth and band-
width of the system. Essentially, it interpolates in between
the angle and delay samples of the PDDPs/PADPs based
on the calibrated beam patterns [see Fig. 4(e) and (f)] and
calibrated CIR (Fig. 5) of the system, respectively. To do this
effectively, the beam patterns and CIR must be well behaved,
i.e., have a single peak within the main lobe and within the
main pulse, respectively. The calibration techniques described
earlier ensure that this is true.

Note that according to electromagnetic theory [51], path
gain is polarization dependent, while the geometrical proper-
ties of the paths, namely angle and delay, are not. The theory
is applied to our path extraction algorithm by running SAGE
on the product of the four composite PDDPs (pq = VV, VH,
HV, and HH) and on the product of the four composite PADPs.
This ensures that all four polarizations have the same angle

and delay, mitigating the angle and delay estimation error per
polarization to boot.

C. Path Correspondence

The number of paths extracted from the PDDPs and the
PADPs should be equal since, in principle, the channel during
the respective T and R sweeps is the same. To ensure com-
pliance, the PDDPs and PADPs cannot simply be summed
as over the four polarizations in Section IV-B since they
have different domains, (θT, τ ) and (θR, τ ). Rather, we resort
to the assignment problem [52], which finds a one-to-one
correspondence between the two sets of extracted paths,
by minimizing the difference in the path properties between
corresponding pairs. The assignment problem was selected due
to its robustness, in that it minimizes the difference across
all corresponding pairs jointly, versus a greedy approach that
minimizes the difference per pair independently and can thus
yield a many-to-one correspondence. The properties employed
for correspondence are the five properties that the PDDPs and
PADPs share, namely [PGVV

n , PGVH
n , PGHV

n , PGHH
n ] and τn .

The difference per pair is composed over the five properties
as the sum of the absolute difference per property. Because
path gain and delay have different units and scales, they are
first normalized2 before summing.

What’s more, the directional antenna patterns of the T and R
sweeps are embedded in the PDDPs and PADPs. The patterns
are composed from the SBF, MSA, and QO gains at both ends
and so are expressed as a function of double-directional angle
(θT,θR) as

GTi ,pq
(
θT, θR) =

SBF︷ ︸︸ ︷
ŝTi ,pq

(
θT) ·G pq

MSA

(
θT) · GT,pq

QO

(
θR)

GR j ,pq
(
θT, θR) = ŝR j ,pq

(
θR)

︸ ︷︷ ︸
SBF

·G pq
MSA

(
θR) · GR,pq

QO

(
θT)

. (6)

Thus, for the path gains to correspond between the PDDPs
and PADPs, GTi ,pq(θT, θR) and GR j ,pq(θT, θR) are deem-
beddded as part of the correspondence process. Thanks to
calibration and antenna deembedment, the path properties
extracted represent the “pristine” response of the channel alone
and not that of the measurement system.

Once the one-to-one correspondence is found, the final
values of (θT,A

n , θT,E
n ) and (θR,A

n , θR,E
n ) are given directly

from the respective PDDPs and PADPs of corresponding
pair n, whereas the final values of the shared properties
(PGVV

n , PGVH
n , PGHV

n , PGHH
n ) and τn are averaged over the

corresponding pair.
Although it was not implemented here, the Doppler fre-

quency shift of each path, � fn , can also be extracted given the
real-time operation of the channel sounder, up to a maximum
shift of (1/2�t) = 384.6 kHz [53], where �t = 1.3 ms is the
channel sweep duration.

V. ILLUSTRATIVE RESULTS

This section presents the results collected from field
measurements to illustrate the capabilities of the system.

2The normalization procedure is described in [37].
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Fig. 8. CDF of estimation error in path properties. (a) 3-D double-directional angle. (b) Co-polarized path gain. (c) Delay.

Fig. 9. Multiple paths extracted from a single measurement in our laboratory,
displayed in the domain of four ([θR,A

n , θR,E
n , PGVV

n , τn]) out of nine path
properties extracted.

To gauge its accuracy in estimating the path properties, a total
of 266 measurements were collected in our laboratory, with
varying T and R positions to exhaust the full 3-D double-
directional FoV of the system. The estimation error was
quantified against the LoS path, whose ground-truth properties
were given from the known geometry of T and R. Fig. 8 shows
the cumulative distribution functions (CDFs) of the estimation
error in 3-D double-directional angle, co-polarized path gain3,
and delay, aggregated across the 266 measurements, reporting
an average error of 0.47◦ in angle (over the four angles),
0.48 dB in path gain (over the two copolarized path gains),
and 0.18 ns in delay. Of course, the system is capable of
extracting the properties of all channel paths, not just the LoS
path. In fact, Fig. 9 shows an illustrative plot of the properties
of eight paths extracted from a single measurement in our
laboratory.

The transmit power was set to about 9 dBm so that when
added to the 21-dBi boresight gain of the measured QO
beams, the effective isotropic radiated power (EIRP) was

3The cross-polarized path gains (pq = VH and HV) of the LoS path are
theoretically zero. In fact, they went undetected in our measurements and so
were not reported here.

Fig. 10. Path loss versus distance collected for 85 T-R locations in the
hallway environment. The path loss of all paths extracted plotted and against
the theoretical free space path loss. The waveguiding in the hallway caused
the path loss to fall short of free space.

measured as 30 dBm with a spectrum analyzer. Together
with 37.8-dB processing gain, 18-dB coherence gain, and
other factors of the link budget such as single antenna gain,
LNA gain, noise floor and noise factor, and cable loss, the
maximum measureable path loss for the R sweep was 136.4 dB
(and was comparably valued for the T sweep). Fig. 10 shows
path loss versus distance collected for 85 T-R locations in the
hallway environment. The path loss for the T-R location at
distance d was computed over all paths and polarizations as

PL(d) = 0.5∑
n PGVV

n (d) + PGVH
n (d) + PGHV

n (d) + PGHH
n (d)

.

(7)

The theoretical free-space path loss is also displayed.
Waveguiding in the hallway caused the path loss to fall short
of free space.

VI. CONCLUSION

In this article, we demonstrated the feasibility of implement-
ing SBF with phased-array antennas. Specifically, instead of
sweeping electronic beams synthesized by programming the
analog weights of the antennas—also known as ABF, what the
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arrays were designed for—we switched through all the anten-
nas and synthesized beams in postprocessing through digital
weights. By circumventing the time-consuming programming,
we were able to realize a 3-D double-omnidirectional sweep
with multiple 28.5-GHz, dual-polarized, 8 × 8 phased-array
antennas at the transmitter and receiver in just 1.3 ms. Further-
more, we were able to synthesize ideal beam patterns due to
the effectively infinite precision of digital weights (versus the
coarse precision of analog weights), which enabled fine weight
calibration for the nonidealities of the system hardware and
fine window tapering to suppress sidelobes, translating into
average angle estimation error of only 0.47◦, as substantiated
by field measurements.
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